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Abstract—A 1.8-V 14-b 12-MS/s pseudo-differential pipeline
analog-to-digital converter (ADC) using a passive capacitor erroraveraging technique and a nested CMOS gain-boosting technique
is described. The converter is optimized for low-voltage low-power
applications by applying an optimum stage-scaling algorithm at
the architectural level and an opamp and comparator sharing technique at the circuit level. Prototyped in a 0.18- m 6M-1P CMOS
process, this converter achieves a peak signal-to-noise plus distortion ratio (SNDR) of 75.5 dB and a 103-dB spurious-free dynamic
range (SFDR) without trimming, calibration, or dithering. With
a 1-MHz analog input, the maximum differential nonlinearity is
0.47 LSB and the maximum integral nonlinearity is 0.54 LSB. The
large analog bandwidth of the front-end sample-and-hold circuit
is achieved using bootstrapped thin-oxide transistors as switches,
resulting in an SFDR of 97 dB when a 40-MHz full-scale input
is digitized. The ADC occupies an active area of 10 mm2 and
dissipates 98 mW.
Index Terms—Analog integrated circuits, capacitor mismatch,
comparator sharing, discrete-time common-mode voltage regulation, early comparison, low power, low voltage, nested CMOS
gain boosting, opamp sharing, passive capacitor error-averaging,
pipeline analog-to-digital converter, pseudo-differential, subsampling.

I. INTRODUCTION

I

N LOW-COST highly integrated system-on-a-chip (SoC)
digital communication receivers, the boundary between
analog and digital functionalities is constantly redefined as a
result of fabrication technology advancement. The trend toward
more digital signal processing (DSP) for multistandard agility
in receiver designs has recently created a great demand for
low-power low-voltage analog-to-digital converters (ADCs)
that can be realized in a mainstream deep-submicron CMOS
technology. Intended for embedded applications, the specifications of such converters emphasize high dynamic range
and low spurious spectral performance. In a highly integrated
wireless receiver, regardless of whether frequency translation is
accomplished with a single conversion (direct conversion and
low-IF architecture) or a wideband-IF double conversion, the
lack of high-Q on-chip IF channel-select filters inevitably leads
to a large dynamic range imposed on the baseband circuits
in the presence of in-band blockers (strong adjacent channel
interfering signals). For example, the worst case blocking specs
of some wireless standards, such as GSM, dictate a conversion

linearity of 14–16 bits to avoid losing a weak received signal
due to distortion artifacts [1]–[3]. Recent works also underline
the trend toward the IF-digitizing architecture to enhance programmability and to achieve a more “digital” receiver [4]–[6].
However, advancing the digitizing interface toward the antenna
exacerbates the existing dynamic range problem, as it also requires a high oversampling ratio. To achieve high linearity, high
dynamic range, and high sampling speed simultaneously under
low supply voltages in deep-submicron CMOS technology
with low power consumption has so far been conceived of as
extremely challenging.
Among various ADC architectures, the pipeline converter
is widely used in Nyquist sampling applications that require a
combination of high resolution and high throughput. This study
describes the prototype design of a 14-b pipeline ADC fabricated in a 0.18- m digital CMOS technology that achieves a
75.5-dB SNDR at 12 MS/s with a power consumption of 98 mW
[21]. The measured SFDR of over 97 dB up to 40 MHz of input
frequency demonstrates the outstanding linearity and bandwidth of the analog circuitry operating at a low supply voltage
of 1.8 V. The design techniques and strategies that have enabled
this performance include a power-efficient ratio-independent
conversion scheme [7], a pipeline ADC stage-scaling algorithm,
common-mode
a nested CMOS gain-boosting technique, a
(CM) voltage regulation circuit, an opamp and comparator
sharing technique, and the use of minimum channel-length,
thin-oxide transistors for the switches combined with clock
bootstrapping [10] and in-line switch techniques [11].
Section II of this paper reviews the pipeline ADC architecture and discusses the design challenges for switched-capacitor
circuits in deep-submicron CMOS technology. To alleviate the
prominent issue of power efficiency under low supply voltages,
a pipeline ADC stage-scaling analysis is then introduced that determines the optimum stage resolution and scaling factor simultaneously. Following this, Section III highlights the key linearity
technique of this design—the passive capacitor error-averaging
(PCEA) technique. In Section IV, the details of the circuit implementation issues are presented. The experimental results of
the chip are summarized in Section V with a short conclusion
following in Section VI.
II. ARCHITECTURE POWER EFFICIENCY
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A. Pipeline ADC Architecture
A pipeline ADC is inherently a multistep amplitude quantizer in which digitization is performed by a cascade of many
topologically similar or identical stages of low-resolution
analog-to-digital encoders. Pipelining enables high conversion
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Fig. 2. Circuit diagram of the 1.5-b/s MDAC.
Fig. 1. Pipeline ADC block diagram.

throughput by inserting analog registers, i.e., sample-and-hold
amplifiers (SHAs), in between stages that allow a concurrent
operation of all stages. This is done at the cost of an increased
latency. In a typical pipeline stage as shown in Fig. 1, the signal
passed to the subsequent stage is the conversion residue of the
current stage created by a digital-to-analog converter (DAC)
and a subtraction circuit. The maximum swing of this residue
signal is often brought back to the full-scale reference level with
a precision amplifier, also shown in Fig. 1. This keeps the signal
level constant and allows the sharing of an identical reference
throughout the pipeline stages. Breaking a high-resolution conversion into multiple steps greatly reduces the total number of
comparators in contrast to a flash converter. In the limiting case,
comparators to
a 1-b/stage (b/s) pipeline ADC only needs
comparators required
resolve an -bit word as opposed to
by a flash converter. The large accumulative interstage gain also
relaxes the impact of later stage circuit nonidealities (noise,
nonlinearity, and offset) on the overall conversion accuracy.
For medium- to high-resolution Nyquist applications, pipeline
ADCs have been demonstrated to achieve the lowest power
consumption at high conversion rates [12]–[21].
In CMOS circuit technology, a typical pipeline ADC
stage usually consists of a coarse comparator and a compact
switched-capacitor (SC) circuit termed the multiplier DAC
(MDAC), which integrates the sample-and-hold (S/H), the
DAC, the subtraction, and the residue-gain functions. The
circuit diagram of a single-ended 1.5-b/s MDAC is shown
in Fig. 2. This architecture is also known to tolerate large
comparator offsets due to the built-in decision level overlaps
between successive stages, usually referred to as digital redundancy or digital error correction [14]. The conversion accuracy
thus solely relies on the precision of the residue signals; the
conversion speed, on the other hand, is largely determined by
the settling speed of the residue amplifiers.
B. Power Efficiency Under Low Supply Voltage
While the scaling of CMOS technology offers a potential for
improvement on the operating speed of mixed-signal circuits,
the accompanying reduction in the supply voltage and various
short-channel effects create both fundamental and practical limitations on the achievable gain, signal swing, and noise level,
particularly under a low power constraint. Oxide reliability dictates the use of a low supply voltage, which limits the signal

swing of analog circuits. It was derived in [10] that the power
consumption of an SC circuit is inversely proportional to the
supply voltage for a fixed dynamic range.
The sampling process inherent in SC circuits introduces
noise at each pipeline stage when a residue voltage
is captured. The sampled noise usually comprises two major
contributions—the channel noise of the switches and the opamp
noise. Since no direct current is conducted by the switch right
before a sampling takes place (the circuit is assumed settled),
noise is not of concern here, and only the thermal noise
the
contributes, which is a function of the channel resistance that is
weakly affected by technology scaling [22]. On the other hand,
the opamp output noise is mostly dominated by the channel
noise of the input transistors, where the thermal noise and the
noise both contribute. Because the input transistors are
usually biased in saturation, velocity saturation and hot carrier
effects tend to enhance the thermal noise level [23], [24]; the
noise increases as well due to the reduced gate capacitance.
It follows that, as CMOS technology scaling continues, the
operational amplifier is becoming the dominant noise source
for SC circuits.
C. Stage-Scaling Analysis of Pipeline ADC
Exploiting the fact that later stages contribute a diminishing
input-referred noise because of the accumulative interstage gain,
one architectural approach to maximize the signal-to-noise ratio
(SNR) with a given power budget is to determine an optimum
way of distributing the biasing current to each pipeline stage
[25], [26], [15]. This involves choosing an optimum per-stage
resolution and reducing the sampling capacitor sizes along the
pipeline. Intuitively, a too low per-stage resolution (hence more
stages) increases the number of residue resampling events. Coupled with a low interstage gain, this leads to larger capacitors
and more biasing current. Conversely, although a high per-stage
resolution (hence fewer stages) minimizes the number of resampling events and allows a rapid tapering of the capacitor size,
the per-stage power increases exponentially due to the reduction of the feedback factor of residue amplifiers. This is clearly
not power-efficient as well. It follows that the optimum stage
resolution has to be somewhere in between, but the exact answer depends on the conversion speed, the technology used, the
circuit topology, and a specific layout. Due to the complexity of
this problem, simple hand analyses, albeit lacking in numerical
accuracy, are commonly used to reveal qualitative parametric
tradeoffs and to offer insight to circuit designers.

CHIU et al.: A 14-b 12-MS/s CMOS PIPELINE ADC WITH OVER 100-dB SFDR

2141

The first such analysis was introduced in [25], where the most
important conclusion was that an optimum stage-scaling factor
exists and is approximately equal to the interstage gain. In the
Appendix, a new analysis is presented to optimize the per-stage
resolution and the scaling factor concurrently, taking into account both the amplifier and the switch noises. One prominent
feature of this analysis is the inclusion of the parasitic-loading
effect on the residue amplifiers, manifested by two parasitic caand , at the output node and the summing node
pacitors,
of the residue amplifier, respectively (Fig. 19). An accurate account of the parasitics requires a post-layout extraction that is
design specific. At the architectural level, two observations are
noteworthy in modeling these parasitics. First, to keep up the
conversion speed, the transconductance of the opamp (hence its
size and biasing current) must increase exponentially as a function of the stage resolution due to the drop of the feedback factor.
Meanwhile, the number of comparators and sampling switches
and the wiring complexity of layout exhibit the same dependence. Second, the parasitic-loading effect worsens as the conversion rate increases. In a high-speed converter, the parasitic
capacitance can be comparable to the total value of the sampling
captures these
capacitors. The model
dependences, where a technology-independent “speed factor”
is introduced to model the loading effect as a function of the conversion speed. The value of this “speed factor” varies between
0 and 1 in this analysis by observing the following facts.
1) When conversion speed is low, the loading due to parasitics is insignificant and the residue amplifier is mainly
loaded by the sampling capacitors. This indicates a small
“speed factor,” hence is set to 0 for this scenario.
2) When conversion speed is high, the parasitic-loading effect is severe. If a specific technology is given, an exact
relationship between and the sampling rate may be derived. To make this analysis more general and technologyindependent, the maximum parasitic capacitance is set to
be equal to the total sampling capacitors, i.e.,
or
.
For a uniform per-stage resolution and a uniform scaling
factor , the total power consumption can be derived as (see the
Appendix)
SNR

(1)

where
is the thermal energy, is the sampling rate, (
) is the overdrive voltage of the opamp input transistors, and
is the supply voltage.
Equation (1) supports the result of [10] with an addition of the
function, which captures the dependence of the power
new
consumption on the per-stage resolution , the scaling factor ,
and the speed factor . For a given speed factor, minimizing this
function yields the optimum stage resolution and scaling factor.
Important observations drawn from the study of this function
are listed as follows.
1) For a small or a low conversion speed, the analysis degenerates to that of [25]. A higher per-stage resolution
always results in a lower total power consumption for a
fixed resolution.

2) When approaches one, i.e., in high-speed cases, the amplifier is increasingly loaded by parasitics. The total power
consumption quickly rises when the stage resolution exceeds 3 b/s. The optimum resolution is 2 or 3 b/s. This is
the typical scenario encountered in a practical design.
3) The optimum scaling factor is a weak function of the
speed factor, i.e., for a given stage resolution, the optimum
scaling factor is relatively constant for different conversion speeds. This is probably justified by the fact that the
speed factor influences all stages uniformly and the interstage gain stays constant.
These observations serve as the design guidelines for pipeline
ADCs when the tradeoff between SNR and power consumption
is critical. Note that the derivation in the Appendix does not include the SHA noise if one is used. The uniform scaling factor
throughout the pipeline may not be practical due to an increased
layout effort. In addition, scaling of the last few stages may be
difficult when they become too small. Lastly, although a uniform
per-stage resolution helps to keep a design modular, increasing
the resolution of the backend stages (a nonuniform scaling essentially) may result in more power savings.
III. CAPACITOR ERROR-AVERAGING
In a fully optimized pipeline ADC, random capacitor mismatch is the most important error source of nonlinearity. In the
absence of a post-fabrication component trimming or calibration, the conversion accuracy is usually limited to about 10–12
bits.
A. Active Capacitor Error-Averaging
One approach to treat mismatch error is capacitor erroraveraging (CEA). For a 1-b/s architecture, the error correction
is performed by interchanging the roles of two sampling capacitors during the amplification phases [8], [9]. Two residue
voltages that contain complementary errors are generated
consecutively. A second opamp and two extra capacitors are
used to obtain the average of the residue voltage pair (hence the
name “active”). It has been shown that the first-order gain error
resulted from capacitor mismatch is removed by averaging [8].
The active CEA (ACEA) is capable of realizing an excellent linearity with poorly matched capacitors. However, this is
achieved at the cost of an added circuit complexity and more
power consumption due to the residue resampling process. Assuming that the averaging amplifier generates an equal amount
of noise while draining the same current as the residue amplifier, the ACEA leads to a power and area increase of four times
for the same SNR compared to the conventional architecture
(Table I). Moreover, the averaging amplifier and the residue resampling process impose additional nonlinearities on the signal
path, compromising the overall linearity of the converter.
B. Passive Capacitor Error-Averaging
In this paper, a PCEA technique is used. Calculation and
Monte Carlo simulation demonstrate a better averaging result
achievable with this technique [7]. Fig. 3 shows the PCEA circuit diagram. In each clock cycle , two residue voltages are
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Fig. 4. Clock skew in the front-end sampling network.

Fig. 5.
Fig. 3. Passive capacitor error-averaging technique. (a) Stage (i) in 3 and 4
phases. (b) Timing diagram for stage (i) with the early comparison marked at
the end of 1.
TABLE I
ARCHITECTURE POWER EFFICIENCY

Block diagram of the prototype 14-b pipeline ADC.

[7], [9]. In a typical scenario, this is as long as
as opposed
to just the nonoverlapping time in the conventional architecture
with a two-phase clock.
Table I summarizes the power-saving results of the new averaging approach. For the same target SNR, the power efficiency
is defined by normalizing the total conversion power to the sampling rate. It follows that the PCEA is as efficient as the conventional technique and six times more efficient than the ACEA.
IV. CIRCUIT IMPLEMENTATION

produced by interchanging the roles of the sampling capacitors
and . Two capacitors
and
from the next pipeline
stage directly sample the residue voltage pair sequentially. The
averaging amplifier is eliminated; averaging takes place when
and
merge charge in the subsequent phases. Avoiding the
residue resampling process reduces the total conversion power
by a factor of four. In addition, the uncorrelated noise in two
separately acquired residue samples further increases the SNR
by 3 dB. Furthermore, the loading of the residue amplifier is reduced because
and
never switch on at the same time.
A limitation of the PCEA is that it takes four clock phases
to complete the sampling-comparison-amplification process, in
contrast to two for a conventional implementation with no averaging or three for the ACEA (Table I). However, the extra phases
allow a long settling time for the comparators if an early comparison is performed against the first residue as indicated in Fig. 3

In order to demonstrate the effectiveness of the stage-scaling
algorithm and the PCEA technique, a prototype 14-b pipeline
ADC was designed and fabricated. This section describes the
implementation details of this prototype and the next section
presents the measurement results.
A. Sampling Clock Skew
In a typical pipeline ADC implementation, a dedicated SHA
at the front-end is often used to enhance the dynamic performance of the converter. It mitigates the effect of the timing
skew between the passive switched-capacitor sampler and the
sub-ADC of the first stage. As indicated in Fig. 4, this aperture
error effectively creates a dynamic offset between the two paths
when the input signal exhibits a large slew rate. The offset ultimately results in a hard clipping error when the digital error-correction range of the subsequent stages is exceeded.
Nonetheless, the dedicated SHA is accompanied by a substantial power penalty; as it usually acts as a unity-gain buffer,
the SHA provides no attenuation to the ADC noise referred to
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Summing-node crosstalk.

the input, meanwhile adding its own contribution. Assuming
that the SHA and the ADC contribute an equal amount of noise
and consume an equal amount of power, then for the same target
SNR, having a dedicated SHA translates into a fourfold increase in the total conversion power. This is too high a price for
low-voltage designs that are SNR-limited. Notwithstanding, alternative solutions exist to remedy this problem. One approach
is to use digital techniques to monitor the skew and adaptively
compensate for it with a variable delay circuit. In this prototype,
a simpler approach is adopted that exploits the large built-in digital redundancy of a 1.5-b/s architecture [26]. For example, it is
straightforward to calculate that, for a 40-MHz full-scale sinusoidal input, the maximum clock skew tolerable to this architecture is one nanosecond. It is believed that the choice of a 1.5-b/s
topology achieves a judicious architectural tradeoff and the best
power efficiency in this prototype when the stage resolution and
scaling, the SHA power penalty, the clock skew, and the averaging overhead are all taken into account. With this choice, the
optimum stage-scaling factor is determined to be 0.5.
B. Opamp and Sub-ADC Sharing
Fig. 5 shows the single-ended equivalent block diagram of
the prototype ADC employing the PCEA technique. The actual
implementation is fully differential. The opamps and sub-ADCs
are interleaved between the successive SC stages to save more
power (e.g., SC 2-A and 2-B in Fig. 5). The 14-b ADC is partitioned into six pipeline stages with a total of six opamps and 14
comparators. Three bits are resolved by each stage effectively.
The opamp sharing technique was previously used in pipeline
ADCs with an 8–10-b resolution [27], [20]. The challenge of

Fig. 7. Crosstalk eliminated by (a) modified timing and (b) dummy switch.

this technique is to maintain the charge fidelity at the summing node, which is particularly difficult at the accuracy level
of 14 bits. A potential crosstalk path between SC-A and SC-B
of
(Fig. 6) arises due to a drain-to-source stray capacitor
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Fig. 8. Nested CMOS gain-boosting technique.

the off-switch
(the same problem exists for
, which is
switches off, a signal-dependent
not shown). At the moment
on the top plate
charge injection induces an error voltage
; through the series connection of
, ,
of the capacitor
and
, it produces a small error voltage
in the output
residue, destroying the accuracy of SC-B. The effect of , albeit small, can be significant at the 14-b level. The effect of this
crosstalk can be gauged by the voltage gain through the cou.
pling path, which is essentially the capacitor ratio
A simple remedy to this problem is to tie the bottom plates
and
(
and
as well) to an AC ground at all
of
only results in a fixed
time, such that the coupling through
offset error. This is accomplished for
by simply advancing
(the early phase of ) to the rising edge of
the rising edge of
, as shown in Fig. 7(a). However, the same operation for
is not possible because it has to take a sample at the end of
and its bottom plate becomes floating afterwards. An alternative
to the end of .
solution is to postpone the trailing edge of
is delayed, no charge is injected onto
Since the switch-off of
the top plate of
at the first place. Thus, the crosstalk is eliminated. Nonetheless, a careful examination of this solution still
reveals a problem—it relies on the fact that remains constant
and , which is hardly guaranteed. In practice,
between
can be different between
and
due to a capacitor mismatch
error in the previous pipeline stage. The difference between the
, albeit considerably smaller than the charge
dual residues,
injection error, can still generate a significant error at the output.
To mitigate this problem, gate-grounded dummy switches are
introduced at the summing nodes [Fig. 7(b)]. Cross-coupled between the p- and n-sides of the virtual ground, they convert the
residual crosstalk into a common-mode signal, which is rejected
by the differential architecture. Combining all of these techniques, the magnitude of the resultant crosstalk can be estimated
by the following equation:

is the
curacy of the cross-coupled dummy switches, and
full-scale reference voltage. Even with the conservative estimates of (2), the aggregated attenuation of the crosstalk is large
enough to ensure a 14-b accuracy at the summing node.
C. Nested CMOS Gain Boosting
Delivering sufficient dc gain at a high sampling rate with low
power dissipation is a difficult challenge for opamp design at
a low supply voltage. Although a multistage architecture offers high open-loop gain, the necessity of frequency compensation makes it power-inefficient. Single-stage architectures, on
the other hand, offer large gain–bandwidth products with limited dc gain due to the low output resistance of short-channel
devices. The CMOS gain-boosting technique was previously introduced to enhance the output resistance of a single-stage operational transconductance amplifier (OTA) [28]. In this design, a
nested gain-boosting technique is used. As illustrated in Fig. 8, a
two-level recursive boosting with devices of 0.2- m gate length
results in a minimum open-loop gain of 130 dB across process
corners in simulation, exceeding the accuracy requirement of a
14-b converter. A manual analysis of the dynamics of the nested
feedback loop is difficult; the simulation method proposed in
[29] was used instead to verify the stability.
To maintain high current efficiency and large output swing
simultaneously, the main amplifier uses a pseudo-differential
(PD) architecture, as shown in Fig. 8. With four transistors in
a stack, the peak-to-peak output swing of the opamp exceeds
2 V with a supply voltage of 1.8 V. The boosting amplifiers
all use a folded-cascode structure with a p- or n-type input differential pair to allow a flexible input CM range. The nested
boosters are the scaled version of the main boosters. The current ratios among the main amplifier, the gain boosters, and the
nested boosters are 64:8:1. The latter two also share a common
bias circuit.

(2)
D. Discrete-Time CM Regulation
where
represents the capacitor mismatch error of the
corresponds to the cancellation acprevious stage,

The amplifier and switch-induced offset voltages are problematic in PD pipeline architectures. Without compensation, the

CHIU et al.: A 14-b 12-MS/s CMOS PIPELINE ADC WITH OVER 100-dB SFDR

2145

Fig. 10. Pole-zero plot and frequency response of the CMFB loop.

One key design aspect of the CM regulation loop is to ensure
its stability. Assuming an ideal integrator and ignoring parasitic capacitance, the -domain closed-loop CM voltage transfer
function (TF) can be derived as
(3)
where

is the feedback factor of the main amplifier and
is the integrator gain. The pole-zero location and the frequency response of this function are plotted in Fig. 10. The highpass nature resembles the characteristic noise-shaping function
of a sigma-delta modulator. To ensure stability, the condition
must be satisfied. Because
and are determined by capacitor ratios, stability can be guaranteed over
process corners. However, stability is not sufficient to make this
scheme fully functional. For a small integrator gain , the magnitude of the closed-loop TF near the Nyquist frequency is ap, which is typically greater than one. It folproximately
lows that a high-frequency CM variation will still be amplified.
The desired closed-loop gain should be as close to zero as possible at all frequencies. This is accomplished by introducing a
look-ahead path in the integrator as shown in Fig. 9. The modified TF becomes
(4)

16

Fig. 9. (a) Diagram of the
common-mode voltage regulation scheme.
(b) Discrete-time integrator with the look-ahead capacitor C . (c) Averaging
and differencing circuit. (d) Timing diagram.

offset will quickly accumulate and saturate the usable signal
swing due to the large interstage gain of the pipeline. Reverting
to a fully differential topology with instantaneous CM feedback
(CMFB) every a few stages was suggested to break the offset
propagation [19], resulting in a compromised hybrid design.
In this paper, an analog
loop that facilitates the CM control is introduced. Shown in Fig. 9, an averaging circuit derives
the output CM voltage and compares it to the desired reference
( ); the resultant error voltage is then accumulated with a discrete-time integrator ( ) and fed back to be the bottom-plate
bias for the S/H circuit. When the loop settles, the long-term
average of the integrator input has to be zero, which forces the
output CM to equal the reference voltage. The SC circuits realizing the and blocks are also shown in Fig. 9.

sets
identically
The condition
for all frequencies. Again, this is determined by capacitor ratios
and insensitive to process variations.
It is well known that the finite open-loop gain leads to a
leakage problem in discrete-time integrators. However, this is
not of concern in this design as it effectively only introduces a
small offset in setting the output CM. As a result, single-transistor amplifiers are used in the integrator and the averaging
circuit. Computer simulation reveals a systematic offset of approximately 10 mV resulted from the finite-gain effect, which
is small compared to the full-scale output swing.
E. Dynamic Comparator
The 1.5-b/s pipeline architecture greatly relaxes the offset
tolerance of the comparators. In addition, an early comparison
is performed that exploits the dual residue feature of the CEA
technique [7], [9]. This allows the comparators a complete
quarter clock cycle to resolve the digital code. As a result, the
comparator design is quite relaxed; dynamic comparators with
minimum size devices are used. The schematic diagram of the
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Fig. 13.

Measured DNL and INL (f = 12 MS=s, f

= 1 MHz).

Fig. 14.

Measured ADC performance versus input signal level.

(a) Dynamic comparator. (b) Comparator timing diagram.

V. EXPERIMENTAL RESULTS

Fig. 12.

Die photo.

comparator is shown in Fig. 11. The comparison threshold is
determined by the size ratio of the sampling capacitors, which
is 4 : 1 in this design.
F. Sampling Switch
The signal-dependent charge injection and on-resistance
variation of switches pose fundamental limits to the achievable
distortion levels of SC circuits. The increased
through technology scaling improves the switch performance. In this study,
the use of minimum channel-length devices combined with
clock bootstrapping [10] and in-line switch [11] techniques
resulted in an outstanding SFDR of 97 dB with a full-scale
40-MHz input [21].

The prototype ADC was fabricated in a 1.8-V 0.18- m sixmetal one-poly digital CMOS process. Capacitors were implemented using metal–insulator–metal (MIM) structures with no
special attention paid in layout to match them. A die photo is
shown in Fig. 12. The size of the chip measures 4.3 3.5 mm
with the ADC occupying approximately 10 mm .
The differential nonlinearity (DNL) and the integral nonlinearity (INL) were measured using a code-density test with a
1-MHz full-scale sinusoidal input. At 12 MS/s, eight million
samples were collected. The measured DNL and INL profiles
are shown in Fig. 13. The maximum DNL is 0.47 LSB and the
maximum INL is 0.54 LSB.
The dynamic linearity of the ADC was characterized by analyzing a fast Fourier transform (FFT) of the output codes with a
single-tone input. Shown in Fig. 14, the measured peak SNDR
reaches 75.5 dB with a 1-MHz input, equivalent to 12.25 effective number of bits (ENOB). Under the same condition, the
peak total harmonic distortion (THD) and the peak SFDR are
94.5 dB and 101 dB, respectively (the THD figure corresponds
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Fig. 16. Measured ADC dynamic performance.
TABLE II
MEASURED ADC PERFORMANCE (1.8 V, 25 C)

Fig. 15.

Measured FFT spectrum at (a) f

= 5 MHz and (b) f = 40 MHz.

to the power sum of the first 15 harmonics). Fig. 15(a) shows
the measured FFT spectrum with a 0.4 dBFS 5-MHz input.
The SFDR in this case reaches the value of 103 dB, and the
SNDR is 74.7 dB. To measure the input analog bandwidth and
to verify the architecture choice without a dedicated SHA, the
ADC was also tested with a 0.4 dBFS 40-MHz sine-wave subsampled at 12 MS/s. Fig. 15(b) shows the digital spectrum of
the ADC output. In this case, the measured SNDR and SFDR
are 69.5 and 97 dB, respectively. Fig. 16 summarizes the measured dynamic performance of this 14-b ADC with an input frequency span from 1 to 40 MHz. The random jitter accumulated
during the generation and distribution of the clock signal limits
the SNR performance at high frequencies. A locked histogram
test revealed a 1.5-ps rms jitter in the system including the clock
generator, the synthesizer, the ADC chip, and the board, which
translates to a 70-dB SNR at approximately 40 MHz [30]. This
confirms the observation that the performance of this converter
is limited by the clock jitter at high input frequencies.
The performance sensitivity against the supply and CM voltages were also verified. The measurement results are summa-

rized in Fig. 17. The minimum supply voltage at which this
ADC still works without noticeable performance degradation
is 1.65 V. The total power consumption of the chip is 97.7 mW,
excluding the LVDS digital output drivers. Out of this, 95.4 mW
is consumed by the analog circuits, 1.4 mW is consumed by the
digital circuits, and 0.9 mW goes to the clock buffer.
All measurements were performed with a 1.8-V supply at
room temperature (25 C). Table II summarizes the measurement results of the prototype ADC.
VI. CONCLUSION
A 14-b pipeline ADC in 0.18- m CMOS technology using
exclusively thin oxide transistors and a low supply voltage of
1.8 V is demonstrated. The prototype design achieves a true
14-b linearity and a 12.25 ENOB in experiments without trimming, calibration, or dithering. This study demonstrates the feasibility of sustained scaling of high-resolution CMOS ADCs in
the deep-submicron regime and the potential improvement on
performance harvestable through technology scaling.
As a reference, Fig. 18 shows the comparison of this design
(marked by a square) and the previously reported high-resolution ADCs (marked by diamonds) with a 12-b and higher res-
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Fig. 18. Comparison of this prototype (square) and previously published
ADCs (diamonds).

and is the scaling factor of the th stage. The assumption is
that all circuit components, including the capacitor size, the amplifier , and the biasing current, are scaled. The noise sampled
comprises the opamp noise (
block) and the switch
on
noises ( through ). The parasitic-loading effect is modeled
and , at the output node and the sumby two capacitors,
ming node of the residue amplifier, respectively. The model
captures the exponential dependence
of the loading effect on the stage resolution , where a “speed
factor” is introduced varying between 0 and 1 in this analysis.
is approximate to make the analysis
The assumption
tractable. A feedforward factor can be defined as
(6)
Fig. 17. Measured ADC performance versus (a) supply voltage and (b) CM
voltage.

olution dated from 1988 to 2004. For SNR-limited designs, a
more appropriate figure of merit (FOM) used in this comparison is defined as
FOM

Power

(5)

This is in accordance with (1) that the conversion power is inversely proportional to the supply voltage, as manifested by the
normalization to the supply voltage in (5). This 14-b pipeline
ADC has achieved the lowest FOM in this category of Nyquist
converters.
APPENDIX
STAGE-SCALING ANALYSIS OF PIPELINE ADC
The circuit diagram of two consecutive MDAC stages of a
typical pipeline ADC is shown in Fig. 19, with the th stage
th stage. The per-stage resolusampling the output of the
tion is assumed constant. The unit sampling capacitor of the
th stage is
, where
is the unit capacitor of the first stage

and a feedback factor as
(7)

is usually taken as
without
The noise sampled on
a specific account of the noises originating from the amplifier
and the switches [25]. Assuming a first-order frequency renoise floor at the output of the
th stage
sponse, the
, where
is the noise factor of the
is
amplifier. If the input transistor is the only noise contributor in
holds for long-channel
a single-ended amplifier,
can be substantially larger than 2/3
devices. Nonetheless,
if the noise model for short-channel devices is used [23], [24].
In addition, the current source and the cascode devices also
is assumed for
contribute noise. In this analysis,
single-ended opamps.
The noise transfer functions of the switches through can
be calculated individually. As the switch noises are band-limited by the amplifier, their contribution is reduced compared to
the scenario where the circuit bandwidth is only determined by
the low-pass filter formed by the switch and the sampling capacitors. The exact solution, taking into account the effect of
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Fig. 19. Residue amplifier model used in the stage-scaling analysis.

Fig. 20.

Evaluation of g (n; ; ) versus the taper factor x.

the switch resistance on the frequency response, is quite involved. Instead of an accurate account of these second-order efth stage is
fects, the total noise floor at the output of the
approximated as

(8)

where the first term stems from the opamp noise and the rest
from the switches. The frequency response is assumed firstorder, band-limited by the closed-loop bandwidth (
) of
the residue amplifier. In addition, the switches are sized such
that they will not limit the settling speed of the amplifier. For
this reason, assume
(9)

Combining (8) and (9), we have

(11)

The input-referred integrated noise sampled by the th stage is
BW
(12)

If a uniform scaling is assumed, i.e.,
,
is summable for
given by

for
and is

where
is the total output load capacitance of the residue
amplifier, given by

(10)

(13)
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where the noise from the first stage is
because no
front-end SHA is assumed.
In addition, if slewing is ignored, the settling speed is deter) of
mined by the small-signal closed-loop bandwidth (
the residue amplifier. The total conversion power can be derived
as
(14)
where is the sampling rate,
of the amplifier input transistor, and
is given by
Function

is the overdrive voltage
is the supply voltage.

(15)
A “taper factor” is defined in [25], which relates to the
. In Fig. 20,
scaling factor by the equation
is plotted against for
0, 1/2, 1 (corresponding to dif. The plot indicates
ferent conversion speeds) and
that the speed factor has a significant impact on the optimum
stage resolution. A 2–3-b/s architecture is in general preferred
for high-speed applications.
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