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Abstract— This paper demonstrates a wideband CMOS
all-digital polar transmitter with flip-chip connection to three
high-density-interconnection PCB interposers. The interposers
are designed to extract power from a CMOS open-drain inverse
Class-D power amplifier core. For a wide frequency range
from 0.7 to 3.5 GHz, continuous-wave output power higher
than 25.5 dBm and drain efficiency (DE) above 40% are
demonstrated. The low-band package achieves a peak power
of 29.2 dBm at 1.1 GHz with DE of 60%, the mid-band package
outputs 28.8 dBm at 1.5 GHz with DE of 56%, and the high-
band package generates 26 dBm at 3 GHz with DE of 49%. The
amplitude modulation (AM) is achieved by digitally modulating
the switch conductance of the inverse Class-D core, and the
on-chip phase modulation is achieved by digitally weighing the
in-phase and quadrature bias currents in the IQ mixer. Detailed
modulation tests, involving 64 quadrature amplitude modulation
(QAM) and 20-MHz WLAN and LTE signals, exhibit excellent
power and efficiency at 0.6, 1.2, 1.8, 2.4, 3, and 3.6 GHz. The
associated specifications on spectral masks and error vector
magnitudes are satisfied.

Index Terms— Interposer, inverse Class-D, phase modulation,
polar transmitter, RF-DAC, transformers.

I. INTRODUCTION

THE desire for efficient RF transmission has been driving
the development of switched power amplifiers (PAs),

including Class-D [1]–[3], switched capacitor [4]–[6], inverse
Class-D [7]–[14], and Class-E [15]–[18] topologies. The
improved peak efficiency is from the reduced overlap between
the current and the voltage waveforms at the device output.
Since the input square-wave drive to the switches usually
does not contain any amplitude information, the RF amplitude
is usually modulated by varying the device periphery of an
inverse Class-D power core [7]–[14], power-combining two
out-phasing Class-D [1], [2] or Class-E [17], [18] power
cells, or supply modulation [5], [13], [16], [19]–[22]. To effi-
ciently output signals with a high peak-to-average power
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ratio (PAPR), a switch-based transmitter (Tx) must have both
high peak and back-off efficiencies. The device periphery-
to-amplitude modulation (AM) scheme results in a back-off
efficiency similar to that of a linear Class-B PA, where the
drain efficiency (DE) degrades by 3 dB when the output power
is 6 dB lower than the peak power. Owing to increased loss in
the combiner, AM achieved by the out-phasing combining of
two nonlinear Class-D/E power cores also degrades back-off
efficiency. Several works have been dedicated to increasing
the efficiency by improving the power combiners [2], [18]
or employing multiple supplies to alleviate the out-phasing
angle [17]. Additionally, supply-to-AM eliminates the wasted
voltage headroom in the back-off operation. Typical methods
employ linear/buck regulators [20]–[22] for envelope track-
ing (ET) or a lower supply voltage (Class G) for a low-
power operation [5], [13], [16]. Recently, a 0.5-to-3.5-V supply
modulator with an efficiency of 80% was reported, targeting
10-MHz LTE signals [20], [22]. The main challenge for
ET techniques is the supply-modulator efficiency, which drops
as the bandwidth increases [23]; similarly, ignoring the cost
of implementing the Class-G supplies results in an optimistic
estimation of the Tx efficiency. Also, supply interferences due
to the bulk-converter switching spur/noise or glitches in the
switched-supply [24] degrade the signal integrity.

Another approach improves both the peak and the
back-off efficiencies via better passives. It has been demon-
strated that off-chip passives, fabricated on IPD [15], [25],
LTCC [11], [25] or PCB [20], [22], enhance the PA power and
efficiency, because they can be designed with thicker metals
and low-loss substrates. Although fully integrated solutions
with on-chip passives allow the CMOS die to directly connect
to the PCB antenna, a substantial amount of buffer space
on the coarse-pitched PCB must be allocated to fan-out
the wirebond connections [7]–[9], and the wires introduce
loss and impedance variation to the Tx. Directly interfacing
a flip-chip package to a high-density-interconnection (HDI)
PCB motherboard (antenna board) results in a better signal
integrity and more compact packaging [1], [2], [5], [26],
but it is cost ineffective since the motherboard is usually
larger than the chip by two orders of magnitude. Alterna-
tively, in this work, the CMOS die is flip-chip connected to
HDI interposers which then disperse the signals to a coarse-
pitched ball-grid array (BGA) on the back side of the inter-
posers. The array signals are matched to connections on the
coarse-pitch PCB motherboard. The interposer is still an
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Fig. 1. Block diagram of the realized all-digital RF transmitter with on-chip amplitude modulator and PM and on-interposer transformer.

order of magnitude larger than the chip, so substantial design
space for high-quality passives and SMD components is
available.

Another attractive aspect of employing both a digitally mod-
ulated Tx and on-interposer passives is that the Tx operating
frequency can be reconfigured simply by switching between
interposers that have different output passive networks. Notice
that digital transmitters employ a square-wave local oscilla-
tor (LO) drive and do not need an input matching network,
while a linear PA requires multiple tuned passive networks.
As a result, operation at different frequencies can be optimized
via modifying the design of the Tx output passive network
on the interposer, while the attached CMOS Tx chip remains
the same. Compared to using multiple CMOS designs, this
provides a more efficient method to support the wide range
of frequency bands required from modern communication
systems.

This work demonstrates three HDI PCB interposers: low
band (LB), mid band (MB), and high band (HB), tar-
geting three frequency bands, covering collectively from
0.7 to 3.5 GHz. The three packages are served by only a
single and generic 2.5-V all-digital Tx in a 65-nm CMOS.
Thanks to the high efficiency of the inverse Class-D core
and the high-quality passives, the continuous-wave (CW)
peak powers are 29.2 dBm at 1.1 GHz (LB), 27.7 dBm at
2.3 GHz (MB), and 26 dBm at 3 GHz (HB), with drain
efficiencies (DE), respectively, of 60%, 54%, and 49%. The
Tx also performs well with 62.5 MS/s 64 quadrature amplitude
modulation (QAM), 20-MHz WLAN, and 20-MHz LTE sig-
nals at six test frequencies between 0.6 and 3.6 GHz. For the
WLAN signal, the Tx has an output power of 21.6 (20.7) dBm
at 1.8 (2.4) GHz with a DE of 27% (25%) and system
efficiency (SE) of 23% (21%). The measured EVM is −31 dB,
substantially better than the specification of −25 dB, and the
spectral mask is not violated. For the LTE signal, the peak per-
formance occurs at 1.8 GHz with an output power of 24 dBm
and SE of 30%. The measured EVM and adjacent channel
leakage ratios (ACLR1,2) are −27, −34, and −39 dB, respec-
tively, better than the specifications with margin. In addition
to excellent power and efficiency when transmitting both CW
and modulated signals over a wide frequency range, this
work also features an all-digital input interface, with both an

8-b inverse Class-D amplitude modulator and a tunable 8-b
IQ-mixer-based phase-modulator (PM) realized on silicon.

This paper is arranged as follows. Section II provides
an overview of the Tx system. Section III introduces the
employed inverse Class-D PA and AM with new analysis
improved from our previous work [7]. Section IV introduces
the PM, and Section V characterizes the transformer designs
on the three HDI PCB interposers. Measurement results are
summarized in Section VI, and more details on the Tx periph-
ery circuits and discussions on various mismatch effects are
in the Appendix.

II. ALL-DIGITAL RF TRANSMITTER SYSTEM OVERVIEW

Fig. 1 illustrates the block diagram of the designed all-
digital RF transmitter. Unlike most reported digitally mod-
ulated transmitters that send amplitude/phase or I/Q codes to
the chip in parallel with numerous I/O pins (see [7]–[10]),
this design adopts a flip-chip chip-to-interposer connection
to allow for a compact package, high-quality passives, and
better signal integrity. As a result, the number of available
I/O pins is limited by the 200-μm bump pitch, so two high-
speed 2.5-Gb/s LVDS receivers, including a preamplifier and
a strong-arm comparator, are designed to receive the AM and
PM serial-code streams. Two 1-to-10 deserializers (DeSer)
following the LVDS receivers regenerate the parallel 8-b
AM and PM codes (two of the ten bits are not used)
with a symbol rate of 250 MS/s. Two clock receivers, one
at 1.25 GHz and one at 250 MHz, are implemented for use
by the LVDS receivers and deserializers. Both the rising and
falling edges of the 1.25-GHz clock are utilized to sample
the 2.5-Gb/s LVDS signals. More details on the Tx periphery
circuits are in the Appendix.

The 8-b amplitude modulator outputs 256 amplitude states,
realized by dividing the inverse Class-D core into 19 parallel
cells, composed of 4 binary cells, and 15 thermal cells. The
binary cells have relative sizes of 1, 2, 4, and 8, and the
thermal cells have a relative size of 16. The unit-cell size
on each differential side is 6 μm/65 nm for the thin-oxide
nMOS switch device and 18 μm/280 nm for the cascode
thick-oxide device. In the LO path, a static divider is used
to create the in-phase and quadrature LO signals for the
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8-b IQ-mixer-based PM, so the LO receiver has to operate
at twice the Tx frequency. The supply voltage is 2.5 V for
the power core and 1 V for the driver, PM, and LO/CLK
receivers. The on-chip amplitude and phase paths have a
delay mismatch lower than 100 ps, which degrades the per-
formance very little (see the Appendix). The operations of
the amplitude modulator and PM are covered, respectively,
in Sections III and IV.

III. DESIGN AND ANALYSIS OF THE INVERSE CLASS-D PA

A. Inverse Class-D Performance With Ideal Switches

The inverse Class-D power core, illustrated in Fig. 2(a),
features nonoverlapping voltage and current waveforms and
an ideal maximum DE of 100% (if the switch resistance
RON is zero). Compared to the Class-D PAs based on CMOS
inverters and thus suffer from the associated CV 2 f parasitic
loss [1]–[3], the parallel drain capacitance in an inverse
Class-D power core can be absorbed into the load resonator,
and better performance can be expected at higher frequencies.
In practice, the nonzero switch RON degrades both the power
and efficiency, and causes overlap between the current and
voltage waveforms. The output power and DE of an inverse
Class-D cell are functions of the switch and the load resistance,
the LC tank, and the dc feed inductance, as given by the
analytical expressions presented in [7, eqs. (11) and (12)].
The analysis was conducted by solving the circuit KCL at
all harmonics, where the switches were modeled by a time-
varying conductance alternating between zero and the switch
conductance (1/RON). The provided expressions contain infi-
nite series and are difficult to interpret, so they are revised
here to provide a more general and accessible analysis, where
the load is represented by a complex number. Similar to [7],
the load impedance is assumed to be zero for odd-order
harmonics and infinite for even-order harmonics. According
to [7, Fig. 11], the load impedances at even harmonics do
not significantly affect results. After some algebraic manipu-
lations, the output (fundamental) power and DE of an inverse
Class-D core are expressed by

Pout_ClassD−1 ≈ VDD
2

4
× 20RL

(5Ron + RL)2 (1)

DEClassD−1 ≈ 1

1 + 5RON/RL
(2)

where RL is the load resistance (Z L = RL + j X L).
Equations (1) and (2) suggest that the performance of the
inverse Class-D power core is more convenient to be charac-
terized in terms of the load impedance Z L rather than the load
admittance (YL = GL + j BL). The approximations are valid
assuming 4ω0Cs RON � 1. This assumption implies that the
switch capacitance can be neglected and is valid for switches
fabricated in modern CMOS processes (e.g., 65-nm CMOS)
and operated at RF frequencies (e.g., 4 GHz).

Equations (1) and (2) indicate that the output power and
DE are independent of the load reactance X L . The simulated
power and DE for Fig. 2(a) schematic are shown in Fig. 2(b)
and (c), respectively, to the load impedance. The ideal switches
have an ON-resistance of 1 � (RON = 1 �), and the

Fig. 2. (a) Schematic of the inverse Class-D cell (VDD = 2.5, RON = 1).
(b) Power (in dBm) versus ZL . (c) DE versus ZL . The switch current/voltage
waveform with ZL of (d) 10 �, (e) 100 �, and (f) 10 + 10 j �.

supply voltage is 2.5 V. If RON �= 1 � or VDD �= 2.5 V,
Fig. 2(b) and (c) is still applicable. In such a case, the
horizontal and vertical axes represent, respectively, RL/RON

and X L/RON, and the output power should be scaled by
(VDD/2.5)2/RON. It is observed that X L does not affect the
power and efficiency. To be clear, the time-domain current
and voltage waveforms are shown in Fig. 2(d)–(f), respec-
tively, corresponding to Z L of 10, 100, and 10 + 10 j �.
Because the current is zero during the second half-cycle,
the switches only dissipate power in the first half-cycle. With
zero-load reactance (X L = 0), the peak voltage during the sec-
ond half-cycle approaches a maximum value of πVDD as
RL increases (or as RON decreases), and the voltage in the
first half-cycle approaches zero. As shown in Fig. 2(f), with
a nonzero-load reactance (X L �= 0), the voltage swing can
exceed πVDD and also become negative during the second
half-cycle. However, the current/voltage waveforms in the first
cycle and, thus, the switch power dissipation are equivalent to
those associated with Z L = RL+ j0. Although using a nonzero
X L results in a higher fundamental voltage, the fundamental
voltage is no longer in-phase with the fundamental current,
and the resulting output power (and DE) does not change.

As predicted by (1), with a fixed RON, the output power
is lower when RL takes either a very high or a very low
value. Applying the AM–GM inequality to (1), it can be
shown that the maximum power of V 2

DD/4RON occurs when
RL = 5RON. Unfortunately, the DE corresponding to the
maximum power is only 50%. To achieve a higher efficiency,
the load resistance must be significantly higher than the switch
resistance. A practical design uses an RL ∼ 10 RON, resulting
in an output power that is 0.5 dB from the maximum value
and an efficiency of 67%.

Compared to a Class-D power core with the same sup-
ply and switch resistance, the inverse Class-D core has a
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Fig. 3. (a) Model of a Class-D power core. (b) Efficiency comparison of a
Class-D and inverse Class-D power core versus x ≡ RL /RON.

higher output power. Without using pMOS devices, the inverse
Class-D can also achieve a better efficiency. The Class-D
power core, illustrated in Fig. 3(a), is modeled by a load
resistance RL with both of terminals connected to a square-
wave voltage source that has a source resistance of RON. The
two voltage sources are complementary and swing between
0 and VDD. The Class-D (fundamental) power and efficiency
can be easily derived by

Pout_ClassD ≈ 4VDD
2

5
× RL

(2RON + RL)2 (3)

DEClassD ≈ 4

5
× 1

1 + 2RON/RL
. (4)

According to (3), the maximum power achievable by the
Class-D cell, reached when RL = 2 RON, is V 2

DD/10 RON. This
maximum power is 4 dB lower than that of an inverse Class-D
cell. Moreover, for the same RON and RL , the inverse Class-D
cell exhibits up to 6-dB higher power. Pout_ClassD−1/Pout_ClassD
is a function of x ≡ RL/RON and is 1.9, 4.9, and 6 dB,
respectively, for x = 1, 5, and 10. DEs for the two topologies
are shown in Fig. 3(b) as functions of x . It shows the Class-D
core exhibits a higher DE with a lower x , while the inverse
Class-D cell obtains a higher DE if x > 10. Notice that an
inverse Class-D cell does not need a pull-up pMOS device and
can employ a larger switch with lower switch resistance (RON)
but similar parasitic capacitance. Finally, the calculated output
powers (in dBm) of an inverse Class-D cell and a Class-D cell,
both with a 2.5-V supply voltage, are shown, respectively, in
Fig. 4(a) and (b) as functions of (RL , RON). The efficiency,
which only depends on x ≡ RL/RON, is also annotated. Fig. 4
provides a preliminary guide to the design of Class-D and
inverse Class-D power cores.

For the ease of design, the AM of an inverse
Class-D power core is usually realized by digitally modu-
lating the switch conductance (GON = 1/RON) with uniform
steps [7]–[14]. According to (1) and (2), both the output power
and efficiency degrade when GON decreases from the peak
value Gon_max (Gon_max = 1/Ron_min), while the exact roll-off
characteristics depend on both Gon_max and RL . Fig. 5 shows
the simulated back-off power, efficiency, output voltage (Vout),
and output voltage step of an ideal inverse Class-D power
core with RL of 1, 10, and 100 �. The switch conductance
is swept from 0.01 to 1 S with a step size of 0.01 S.
The curves match the calculated results. It is worth noting

Fig. 4. (a) Inverse Class-D and (b) Class-D output power and DE as functions
of RL and RON (x ≡ RL /RON).

Fig. 5. Back-off (a) power, (b) DE, (c) output voltage, and (d) voltage step
of an inverse Class-D cell with 2.5-V supply and RL of 1, 10, and 100 �.
The switch conductance is swept with a step size of 0.01 S.

that the voltage curve shown in Fig. 5(c) is a scaled version
of the efficiency curve shown in Fig. 5(b). This is because
Vout ≈ V ∗

DDDE∗π according to (1) and (2), and the rela-
tion Pout = V 2

out/2 RL . It has been explained that using
RL = 10Ron_min results in both good peak power and
peak efficiency. However, the voltage steps increase and the
AM resolution decreases with decreasing switch conductance,
when fewer parallel cells operate. According to (1), to lin-
earize the output voltage response by designing the load,
RL � 5Ron_min has to be satisfied. This inevitably leads
to a very low efficiency and is not a preferred method.
Instead, digital predistortion is usually employed with a lookup
table to find the proper AM code (AMcode) associated with
a given output magnitude [7]–[14]. This method is favored
and easier to implement over designing a nonlinear GON-to-
AMcode response.
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Fig. 6. (a) Schematic for characterizing the designed CMOS core, and drain
voltage and current with (b) ZL = 10 � and (c) ZL = 10 + 10 j �.

B. Practical Performance With nMOS Switch

The analysis above uses an ideal switch model, and the
derived power and efficiency are independent of the load
reactance. This ideal characteristic does not hold when the
switches are realized by nMOS devices, since the switch
cannot remain in the off state without conducting current when
the drain swing becomes exceedingly negative, so the voltage
and current waveforms depicted in Fig. 2(f) do not exist in
practice. Instead, under a negative voltage with magnitude
exceeding the device threshold, the switch conducts a negative
current and limits the negative voltage swing, degrading both
the output power and the efficiency. Additionally, the abrupt
voltage jump at the transition between the first and sec-
ond half-cycles must be smoothed by the device parasitic
capacitance, injecting a large current into the load. This also
degrades the performance. The inverse Class-D cell used in
this work, illustrated in Fig. 6(a), is an nMOS device with
a size of 1.53 mm/65 nm. A cascode thick-oxide device
withstands a voltage swing that can in theory reach πVDD.
Using the cascode device, the simulated switch ON-resistance
is 0.6 �. The simulated voltage and current waveforms are
shown in Fig. 6(b) and (c), versus load impedances of 10 and
10 + 10 j �, respectively. It is noted that Fig. 6(b) resembles
Fig. 2(d), while the current waveform in Fig. 6(c) is very
different from that in Fig. 2(f). The voltage can no longer
swing deeply below zero and two injection pulses appear
such that the overlap between the current and voltage wave-
forms increases and both power and efficiency are reduced.
The simulated peak power and DE of the designed inverse
Class-D power core are shown, respectively, in Figs. 7 and 8,
versus the load impedance Z L . The power performance is
fairly wideband, and the power contours in Fig. 7(a) and (b),
simulated, respectively, at 0.6 and 3.6 GHz, look similar to
each other. Fig. 7 confirms that the presence of an imaginary
impedance degrades the output power. Similarly, Fig. 8 shows
the DE also depends on the load reactance.

Explained by (1), when RL is sufficiently high (e.g., 10 �),
the output power starts to degrade as RL increases. As the
output power decreases, the dc power dissipated by the device
during the transit between the two half-cycles can no longer be
neglected and hurts the efficiency. On the other hand, the DE
also goes lower when the operating frequency increases,
where the dissipated power during switch transitions is higher.
Finally, to achieve both good output power and DE for the

Fig. 7. Simulated peak power for the designed inverse Class-D core versus
the load impedance (ZL ) at (a) 0.6 GHz and (b) 3.6 GHz.

Fig. 8. Simulated DE for the designed inverse Class-D core versus the load
impedance (ZL ) at (a) 0.6 GHz and (b) 3.6 GHz.

designed inverse Class-D core, a load impedance of about 8+
7 j � is preferred according to the simulation. This impedance
is marked on Figs. 7 and 8, corresponding to an output power
of about 31.5 dBm and DE of about 70%. The load is inductive
to compensate the device parasitic capacitance.

IV. DESIGN OF THE CMOS PHASE MODULATOR

The schematic of the digital PM or interpolator (PI) is
depicted in Fig. 9(a). The PI core is similar to a Gilbert-
cell double-balanced IQ mixer [27, Ch. 6]. The four dc bias
currents are digitally modulated and denoted by I_I+, I_I−,
I_Q+, and I_Q−. The differential bias currents for the in-phase
and quadrature mixers are (I_I+ − I_I−) and (I_Q+ − I_Q−),
respectively. The mixer output’s fundamental current (at the
LO frequency ωLO) has an in-phase component proportional
to (I_I+ − I_I−) and a quadrature component proportional
to (I_Q+ − I_Q−). Thus, the mixer output’s fundamental
voltage at ωLO, denoted by Vmixer_fund, is proportional to
[(I_I+ − I_I−) cos(ωLOt) + (I_Q+ − I_Q−) sin(ωLOt)]. Notice
that the mixer output voltage, denoted by Vmixer, includes
higher harmonics so that Vmixer �= Vmixer_fund. The current
DACs for both the in-phase and quadrature mixers are 7 b,
as illustrated in Fig. 9(b), and are composed of three binary
cells (with a relative size of 1, 2, and 4) and 15 thermometer
cells (with a relative size of 8). The total current in the
current DAC is 127IDAC, where IDAC ∼ 5.5 μA is the unit-
cell current. The 7-b current DAC used by the in-phase (and
quadrature) mixer is able to output 128 differential current
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Fig. 9. Schematic of (a) digitally modulated PM (b) current DAC in the
IQ mixer, and (c) LO integrator.

states from 127IDAC to −127IDAC with a uniform step size
of 2IDAC. The two digitally modulated currents (I_I+ − I_I−)
and (I_Q+ − I_Q−) are designed not to generate redundant
phases at the PI output. The PI has an 8-b resolution,
where seven bits are used to select I_I+ from 0 to 127IDAC
and (I_I+ − I_I−) = 2I_I+ − 127IDAC, and one bit is used
to select (I_Q+ − I_Q−) between (128IDAC − |I_I+ − I_I−|)
and (|I_I+ − I_I−| − 128IDAC). The table in Fig. 10(a) shows
the two mixer currents (I_I+ − I_I−) and (I_Q+ − I_Q−) versus
the 8-b PM code (PMcode). Fig. 10(b) shows Vmixer_fund as a
complex number in the phasor domain. It is observed that the
output phase covers the full 2π radius. The output phase as a
function of PMcode can be expressed by

Phase(Vmixer_fund) = tan−1
(∣∣∣∣ 1 + 2x

127−2x

∣∣∣∣
)

+ π

2
floor

(
PMcode

64

)

(5)

where x = (PMcode mod 64). Fig. 10(c) shows the output
phase and phase step versus the PMcode. Notice that the phase
step is not constant. The phase resolution has the finest value
of 0.9° /step when the PMcode = 0, 64, 128, and 192 and the
coarsest value of 1.8° /step when the PMcode = 32, 96, 160,
and 224.

To drive the switch amplifier, the mixer output voltage
Vmixer is converted to a digital waveform by a CML–CMOS
converter, which eliminates the amplitude information. The
converter is composed of a two-stage differential amplifier
followed by self-biased inverter chains (see the Appendix).
This nonlinear process translates Vmixer to zero and VDD,
respectively, for negative and positive inputs. The output
square wave of the converter is denoted by Dout. For two Dout
waveforms, the (fundamental) phase difference is equal to the
difference in their zero-crossing timing multiplied by ωLO.
If all of the harmonics at the mixer output are filtered such
that Vmixer = Vmixer_fund, the CML–CMOS converter preserves
the input phase, which means that the fundamental phase

Fig. 10. (a) Normalized mixer I/Q bias current, (b) normalized mixer output
fundamental voltage Vmixer_fund, and (c) Vmixer_fund phase and phase step
versus PMcode.

difference between two Dout waveforms is equal to that of
the corresponding two Vmixer waveforms.

Unfortunately, if harmonic components appear at the mixer
output (Vmixer), the CML–CMOS converter can significantly
distort the phase response. Since the PM has to operate
over a wide frequency range, the mixer cannot employ a
bandpass or low-pass filter at its output to reject the harmon-
ics [9]. It will be explained in detail that in order to achieve
a linear phase response at the CML–CMOS output (Dout),
the two integrators at the mixer inputs are critical, creating
triangle I/Q LO waveforms with appropriate magnitudes. The
integrator schematic is illustrated in Fig. 9(c).

If the integrators are not employed, the LO inputs of the
I/Q mixers, as well as the in-phase and quadrature currents
flowing into the mixer load, are square waves. The in-phase
and quadrature (differential) mixer currents are simulated with
square-wave LO drives swinging between 0.4 and 0.8 V. The
simulated I/Q current waveforms are shown in Fig. 11(a) for
PMcode = 0, 16, 32, and 48. Since the two current waveforms
resemble square waves with two distinct states and sharp
transitions, the weighted sum of the I/Q currents and Vmixer
have zero-crossing points that match that of the dominant
current waveform and do not necessarily change with PMcode.
The corresponding Vmixer waveforms for the four PM codes
are shown in Fig. 11(b). The two Vmixer corresponding to
PMcode = 0 and 16 have similar zero-crossing points, while
Vmixer for PMcode = 32 has zero-crossing points associated
with very low slope ( dVmixer/dt). As a result, the PI performs
poorly without the integrators, where the phase steps are
extremely fine at most of the PM codes (e.g., PMcode = 16)
and very coarse at PMcode = 32. The simulated phase steps for
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Fig. 11. Exemplary situation without the integrators (a) mixer I/Q (differen-
tial) currents, (b) mixer output (Vmixer), and (c) phase steps for Vmixer_fund
and CML–CMOS output (Dout).

Fig. 12. Integrator output I/Q waveform with frequency of (a) 0.6 GHz
and (b) 3.6 GHz. Four integrator currents are tested.

Vmixer_fund and Dout are shown in Fig. 11(c) to PMcode from
0 to 64. The phase response of Vmixer_fund is close to the ideal
response (5), but the phase response of Dout is significantly
distorted and is not useful.

The designed integrator sink current Iint is digitally tunable
with 13 current states (SEL from 1 to 13) from 60 to 780 μA
with a step size of 60 μA. The CMFB is critical for adjusting
the pMOS current source in accordance with the sink current
and maintaining the assigned dc level of 0.6 V. The integrator
output in-phase and quadrature waveforms at 0.6 and 3.6 GHz
are shown, respectively, in Figs. 12(a) and (b) for four inte-
grator configurations, SEL = 1, 5, 9, and 13. To achieve both
good phase linearity and phase noise, the magnitude must be
held at a moderate level. Generally speaking, using a low

Fig. 13. (a) Phase step for the 0.6-GHz CML–CMOS output (Dout) to
PMcode. (b) Simulated Dout noise.

Fig. 14. 0.6-GHz mixer (a) output I/Q current composition and (b) output
voltage (Vmixer) for six sample phase codes. Integrator SEL = 13.

integrator current results in a better phase nonlinearity but
worse phase noise performance. On the other hand, the phase
linearity is expected to degrade if the magnitude of the
mixer input waveform is excessively high, such that the mixer
differential pairs operate mostly with full current steering as if
driven by square waves. The full PM, illustrated in Fig. 9(a),
is simulated at 0.6 and 3.6 GHz. It is found that SEL = 5
(Iint ∼ 300 μA) and SEL = 13 (Iint ∼ 780 μA) are,
respectively, appropriate for the two operation frequencies.

For PM operation at 0.6 GHz, the simulated phase step
of Dout is shown in Fig. 13(a), and the simulated noise at
a frequency offset of 10 MHz is shown in Fig. 13(b). The
simulations are conducted (in one of the four quadrants) with
PMcode swept from 0 to 64 and integrator configurations
SEL = 1, 5, 9, and 13. The phase step of Vmixer_fund (simulated
but not shown here) is close to ideal (5), regardless of the
integrator current. The simulation and the results presented
in Fig. 13 warrant the use of SEL = 5, which achieves
relatively good noise and phase linearity. Using SEL = 13
results in a very nonlinear phase response with phase step
as coarse as 4° /code at a PMcode ∼ 30, and the noise
also degrades around PMcode ∼ 30. To explain clearly,
the 0.6-GHz mixer I/Q currents are shown in Fig. 14(a) and
Vmixer is shown in Fig. 14(b). The simulations are conducted
with SEL = 13 at six phase codes (PMcode = 0, 12, 24,
36, 48, 60). The current waveforms have many low-slope
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Fig. 15. 0.6-GHz mixer (a) output I/Q current composition and (b) output
voltage (Vmixer) for six sample phase codes. Integrator SEL = 1.

regions (e.g., at 0.3 ns), corresponding to complete mixer
current steering. The Vmixer slope at the zero-crossing
points is lower when the I/Q currents are comparable
(e.g., PMcode = 24). The zero-crossing point of Vmixer, with a
low slope, is sensitive to the circuit noise and control variables
and yields both high phase noise and a coarse phase step when
processed by the CML–CMOS converter. The abrupt jumps
in the mixer current are caused by charge sharing during the
switch transitions.

It is also observed in Fig. 13(b) that using SEL = 1 when
the PI operates at 0.6 GHz results in the worst phase noise,
at around −125 dBc/Hz. The mixer currents and Vmixer for
SEL = 1 are, respectively, shown in Fig. 15(a) and (b). The
mixer LO drive has a peak-to-peak value of only 50 mV
with SEL = 1 [see Fig. 12(a)], so the mixer differential
pair operates in the linear region, and the mixer I/Q currents
follow the input drive and are also triangle waveforms, as
shown in Fig. 15(a). It is observed in Fig. 15(b) that the zero-
crossing point of Vmixer shifts pretty uniformly with the phase
code, which implies a linear Dout phase response. The good
phase linearity has been confirmed by simulation. However,
the Vmixer peak-to-peak magnitude is only 0.1 V and the
slew rate (SR) at the zero-crossing point is only 0.12 V/ns.
A 22-dB higher SR of 1.5 V/ns is shown in Fig. 14(b)
at (SEL = 13, PMcode = 0), accounting for a noise improve-
ment of 17 dB (−142 dBc/Hz).

The same simulations are conducted at a PI frequency
of 3.6 GHz. The simulated Dout phase step and noise are
shown, respectively, in Fig. 16(a) and (b). At such a high
frequency, the maximum reachable peak-to-peak magnitude at
the integrator output is only 90 mV [see Fig. 12(b)]; therefore,
the mixer differential pair always operates in the linear region,
with the IQ mixer currents following the input signals. It is
observed in Fig. 16(b) that using SEL = 1 results in a high
Dout noise. In this case, both the mixer output and input
magnitudes are lower than 20 mV, and the integrator output
voltage, previously shown in Fig. 12(b), is dominated by the
coupled voltage from the integrator input and does not look
like a triangle waveform. Obviously, the highest integrator

Fig. 16. (a) Phase step for the 3.6-GHz CML–CMOS output (Dout) to
PMcode. (b) Simulated Dout noise.

Fig. 17. 3.6-GHz mixer (a) output I/Q current composition and (b) output
voltage (Vmixer) for six phase codes. Integrator SEL = 13.

current with SEL = 13 should be used. The corresponding
mixer IQ currents and Vmixer are shown in Fig. 17(a) and (b),
respectively. An SR of around 1.5 V/ns is obtained at the zero-
crossing point. Although this SR is almost the same as the SR
achieved with ωLO = 0.6 GHz, SEL = 13, and PMcode = 0,
the simulated noise degrades by 7 dB to −135 dBc/Hz due to
the more frequent noise injection. Generally speaking, the Dout
noise is proportional to the zero-crossing SR multiplied by the
operation frequency ωLO.

In summary, a high SR for the mixer output (Vmixer) at
the zero-crossing point contributes to good phase noise and
linearity. To achieve this, the integrator output should be
a triangle waveform with a proper magnitude (e.g., Vpp =
200 mV), such that the mixer differential pairs operate in the
linear region to the maximum extent.

V. INTERPOSER DESIGNS

Three transformers are designed on five-layer HDI PCBs.
The three interposers target three frequency bands, LB, MB,
and HB, respectively, centered at 0.9, 1.5, and 2.5 GHz.
The substrate material is TU768 with a dielectric constant
of 4.3 and loss tangent of 0.019. The minimum metal width
and spacing are 50 μm, and the copper thickness is 17 μm.
While an edge-side transformer with the minimum spacing
cannot achieve a sufficient coupling factor, the thin dielectric
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Fig. 18. 3-D illustrations for (a) LB, (b) MB, and (c) HB transformers on HDI interposers.

Fig. 19. Transformer on PCB interposer (a) lumped model and (b) extracted parameters.

thickness of 60 μm supports the use of broadside-coupling
transformers. From Section III-B, the designed inverse
Class-D power core prefers a load impedance of 8 + 7 j � for
good power and efficiency, so the transformers are designed
with a 1:2 turns ratio, which ideally presents a load impedance
of 12.5 � to the PA core. The one-turn primary winding
connected to the CMOS chip uses the second PCB metal layer,
and the secondary winding, connected to the PCB motherboard
and the 50-� load, uses the first and the third metal layers.

3-D illustrations of the designed LB, MB, and HB
transformers are shown in Fig. 18. The passive struc-
tures are simulated by a full-wave electromagnetic simulator
(ADS Momentum). The widely used simplified lumped
model [28] is shown in Fig. 19(a), and the extracted parame-
ters for the three designed transformers and some variations
are provided in Fig. 19(b). The parameters are extracted
based on the simulated Y-parameters, and include the pri-
mary and secondary-winding inductances (L p and Ls) and
quality factors (Q p and Qs), the magnetic coupling factor
(k ≡ M/

√
Ls L p), and the coupling capacitor (Cc). The

maximum power gain Gp,max is calculated. Although Gp,max
is extensively used in microwave circuit designs, this merit,
which allows an arbitrary load impedance, does not properly
characterize the transformer in this work, where only an
SMD capacitor (Cs) is placed in parallel with the 50-� load.
Alternatively, a new figure-of-merit GTXF,max is used here,
defined by the maximum power gain Gp for the present
load condition. The simulated GTXF,max for the three trans-
formers are approximately −0.5 dB, very low-loss, and close
to Gp,max. The simulation shows that the quality factors of the
transformer inductors can be higher than 40.

Parasitic extraction reveals a 2-pF parasitic capacitor on
each of the PA output nodes and a coupling capacitance
of 0.8 pF. The total differential capacitor is 1.8 pF, denoted
by Cp . The compact flip-chip connection prevents the use of
an external parallel SMD capacitor at the transformer primary
side, so Cp holds a constant value over the three designs.
Since only a single CMOS die is used with the three packages,
the transformer footprint must shrink on the MB and HB
packages to reduce the inductance and accommodate higher
operating frequencies. The LB, MB, and HB transformers are
designed with primary inductances of 4, 2, and 1 nH, respec-
tively, and the achieved coupling factors are, respectively,
0.79, 0.72, and 0.60. In general, achieving a good coupling
factor is more difficult when the transformer has a smaller
footprint. The low coupling factor can be the main loss
contributor, in addition to the metal resistance. Using the same
inductance for the primary winding, multiple test structures are
simulated to achieve the highest coupling factor and, therefore,
better bandwidth and insertion loss. Increasing the transformer
size enhances the coupling factor, but the inductance also
increases and results in a lower operating frequency. To com-
pensate, a wider trace width has to be used. This approach can
increase the coupling factor k to some extent, at the cost of a
higher parasitic capacitance between the two windings.

In our design, which targets a low transformer loss, the two
LC tanks at the transformer primary and secondary windings
use different resonance frequencies (L pCp �= LsCs). The
corresponding analysis is provided to relate the transformer
input impedance or equivalently the PA load impedance (Z in)
to the transformer parameters. (Recall that an inductive Z in of
8 + 7 j � is desired.) For the ease of analysis, the transformer
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coupling capacitor is neglected, as in many previous
works [28]. The low winding resistances are also ignored. With
the model illustrated in Fig. 19(a), Z in is equal to a resistive
load Rp in parallel with two reactive loads j Xp1 and j Xp2
(i.e., Z in = Rp//j Xp1//j Xp2), where Rp and jXp1,2 can be
derived by

Rp(ω) = L p Rant

k2 Ls
(P2 + Q2) (6)

j Xp1(ω) = −Rp(ω)

Rant
×

[
1

jωCs
//jωLs(1 − k2)

]
(7)

j Xp2(ω) =
(

jωCp + 1

jωLp(1 − k2)

)−1

(8)

where P ≡ 1 − ω2 LsCs(1 − k2) and Q ≡ ωLs(1 − k2)/Rant.
Rant is the 50-� antenna load. In conventional designs with
L pCp = LsCs , the resonance frequencies with a purely
real input impedance can be obtained by solving Xp1(ω) +
Xp2(ω) = 0. The three solution frequencies are expressed by

ω1,2 = 1√
LsCs

√√√√ 1

1 − k2 − η

2
±

√
η2

4
+ k2

(1 − k2)2 − η

(1 − k2)

(9)

and ω3 = 1/
√

LsCs(1 − k2), where η ≡ Ls/(Cs R2
ant). If η is

sufficiently low, ω1 can be approximated by 1/
√

LsCs(1 + k),
ω2 can be approximated by 1/

√
LsCs(1 − k), and

ω1 < ω3 < ω2. As η increases, ω1 increases while
ω2 decreases. The two frequencies eventually become
equal (lower than ω3) and then transform into a complex
conjugate pair. This known behavior is not applicable here
because L pCp �= LsCs .

To estimate the transformer input impedance Z in graph-
ically, Rp , Xp1, Xp2, and Xp1//Xp2 expressed in (6)–(8)
are shown in Fig. 20 versus the operating frequency. The
LB design parameters kM = 0.79, L p = 4 nH, Cp = 1.8 pF,
Ls = 13.1 nH, Cs = 2.3 pF, and Rant = 50 � are used.
Several critical points are annotated parametrically. First of
all, Rp at low frequency, denoted by Rp0, can be derived
by Rant L p/Lsk2. As the frequency increases, Rp degrades
and reaches its minimum value of Rp,min = Rp0(x − x2/4)

at ωx = ω0
√

1 − 0.5x , where ω0 = 1/
√

LsCs(1 − k2) and
x ≡ η(1 − k2). With the previously mentioned parameters,
Rp0 = 24.5 �, x = 0.86, ω0 = 9.4e9 (1.5 GHz), ωx = 7.1e9
(1.1 GHz), and Rp,min = 16.5 �. As the operating frequency
increases beyond ωx , Rp increases rapidly and can be approx-
imated by Rp ≈ Rp0ω

4 L2
s C2

s (1 − k2)2. Second, Xp1(ω) is
equal to the scaled input reactance of a capacitance Cs in
parallel with an inductance of Ls(1−k2), where the frequency-
dependent scaling factor is −Rp(ω)/Rant. Xp1(ω) is negative
for ω < ω0, positive for ω > ω0, and eventually approaches
the cubic approximation Rp0 L2

s Cs(1 − k2)2ω3/Rant. Finally,
Xp2(ω) is equal to the input reactance of a capacitor Cp

in parallel with an inductor of L p(1 − k2). The resonance

frequency is ωp = 1/
√

L pCp(1 − k2) (3.1 GHz) with the
parameters used.

The input impedance is the three components in
parallel: Rp//j Xp1//j Xp2. At ωx , where Rp reaches Rp,min,

Fig. 20. Rp , Xp1, Xp2, and Xp1//Xp2 as functions of the operating
frequency. The input impedance Zin = Rp//j Xp1//j Xp2.

Fig. 21. Simulated input impedances for LB, MB, HBA (Cs = 1.5 pF), and
HBB (Cs = 0.5 pF) versus the operating frequency.

(Xp1//Xp2) ≈ ωx L p(1 − k2/2). At ω0, where Xp1 is infinite,
Xp1//Xp2 = Xp2 ≈ ω0 L p(1 − k2) and Rp = x Rp0.
Finally, the load impedances at ωx and ω0 are, respectively,
[Rp,min//ωx L p(1 − k2/2)] and [x Rp,min//ω0 L p(1 − k2)].
Plugging in the LB design parameters, Z in is calculated at
ωx and ω0 to be 10 + 8 j � and 7 + 10 j �, respectively.
At both frequencies, Z in is close to the preferred value.

The simulated input impedances of the three packages,
employing the simulated S-parameters and with the operat-
ing frequency swept, are shown in Fig. 21. Some operating
frequencies are annotated (in GHz). The input impedance is
designed to be around 8+7 j � at the operating frequencies of
each of the three packages. The center frequencies of the LB,
MB, and HB packages are 1.1, 1.8, and 2.5 GHz, respectively.
According to the input impedance response shown in Fig. 21,
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Fig. 22. Simulated (a) peak power and (b) DE for the designed transmitter incorporating the on-interposer passives.

Fig. 23. (a) Chip photograph. (b) Front and back views of the LB package. (c) Photographs of the LB, MB, and HB interposers after die attachment.

the LB, MB, and HB packages are expected to have good
power and efficiency from 0.4 to 1.7 GHz, 0.9 to 2.4 GHz,
and 1.6 to 3.2 GHz, respectively.

To improve the performance at higher frequencies
(e.g., 3.5 GHz), a smaller Cs of 0.5 pF can be used for
the HB package (HBB). It can be inferred that although
L pCp ≈ LsCs with Cs = 0.5 pF, there should only be a
single resonance frequency with Imag(Z in) ≈ 0 according
to (9). Also, the transformer loss at 2.5 GHz should be higher
with Cs = 0.5 pF. Observing the two HB curves in Fig. 21,
it is noticed that the filled square-symbol curve, associated
with Cs = 1.5 pF (HBA), has an input impedance of about
10 + 8 j � across a wider frequency range (i.e., from 1.6 to
3.2 GHz) than that of the empty diamond-symbol curve, asso-
ciated with Cs = 0.5 pF (HBB). However, as the frequency
further increases, the HBA curve has its reactance increasing
faster versus frequency than the HBB curve, and the output
power and efficiency should be higher for the HBB package
at higher frequencies (e.g., 3.5 GHz).

Fig. 22(a) shows the simulated peak power of the designed
LB, MB, HBA (Cs = 1.5 pF) and HBB (Cs = 0.5 pF)
packages. The simulated results with some variations

introduced in the passives designs, as listed in Fig. 19(b), are
also shown in Fig. 22(a). Fig. 22(a) shows that higher power
can be obtained with a higher coupling factor k. Fig. 22(b)
shows the simulated DE of the used designs. The simulation
exhibits peak power/DE of 30.4 dBm/68%, 29.8 dBm/70%,
and 29.7 dBm/68%, respectively, for the LB/MB/HB packages
at 1.1, 1.6, and 2.3 GHz. The second HB solution (HBB)
with Cs = 0.5 pF improves both power and efficiency for
frequencies higher than 3.4 GHz. In simulation, the LB, MB,
and HBB packages together achieve a wide bandwidth from
0.4 to 4 GHz with output power higher than 26 dBm and DE
above 26%.

VI. MEASUREMENT RESULTS

The chip photograph and the front/back view of the
LB package are, respectively, shown in Fig. 23(a) and (b).
The chip is fabricated in the TSMC 65-nm CMOS LOGIC
process without MIM capacitors, and a top metal thickness is
only 0.9 μm. The active area on chip is about 1.7 mm2, and
the number of available flip-chip bumps is limited by the chip
area to less than 30. This limitation warrants streaming the 8-b
amplitude and phase codes into the chip via two serial 2.5-Gb/s
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Fig. 24. Measured peak power and DE/SE for the LB, MB, HBA, and HBB
packages.

LVDS inputs. An on-chip scan chain controls the static setup
of the transmitter, including the bias currents for the integrator,
phase interpolator, and the LO/CLK receivers. As shown
in Fig. 23(b), the interposer is about 7 × 14 mm2, limited by
the 7×14 BGA on its bottom, which is used to interface with
the PCB motherboard through a spring pin socket (Ironwood
CBT-BGA 6001). Fig. 23(c) shows photographs of the three
interposers after die attachment. The interposers have a lot of
unused area on the top and inner layers to accommodate the
transformer designs. This warrants the proposed strategy of
moving the passive structures out of the chip for better power
and efficiency and a more generic CMOS transmitter design.

The measured peak power, DE, and SE of the LB, MB,
HBA, and HBB packages with a supply voltage of 2.5 V are
shown in Fig. 24. The HBA package uses a Cs of 1.5 pF, and
the HBB package uses a Cs of 0.5 pF. The SE includes the
power consumption of all components in the all-digital Tx.
The power is measured via a spectrum analyzer calibrated
with a power meter. In this measurement, both the AM and
PM codes are set to the maximum value of 255 (AMcode =
PMcode = 255). The two LVDS signals are generated by an
FPGA board (Xilinx VC707) connected to the PCB moth-
erboard. The signals are fed into the chip via the socket
and the interposer. The LO and two clocks signals are
sinusoidal and generated by three signal generators sharing
the same 10-MHz reference. The LB package has its best
power/DE/SE of 29.2 dBm/60%/56% at 1.1 GHz. The cor-
responding peak performances for the MB and HBA packages
are 28.8 dBm/56%/52% and 28.4 dBm/58%/52%, respectively,
at 1.5 and 2.4 GHz. The HBB package is able to output
25.5 dBm at 3.5 GHz with a good DE of 40% and SE
of 35%. The collective bandwidth of the three packages
(LB/MB/HBB) covers from 0.7 to 3.5 GHz, with peak power
higher than 25.5 dBm and the DE higher than 40%.

Fig. 25 shows the normalized output magnitude and phase
of the MB package at 2.4 GHz. The AM code is swept

Fig. 25. Normalized Tx output magnitude and phase versus the AM code.

Fig. 26. Phase responses at (a) 0.6 GHz with SEL = 5, (b) 0.6 GHz with
SEL = 13, and (c) 3.6 GHz with SEL = 13.

quasi-statically from 0 to 255, while the PM code is set at
PMcode = 0. In this measurement, the LVDS signal is dc
for the phase and a bit sequence with a repetition period
of 4 ns for the AM stream. The compressive AM–AM response
results from the inverse Class-D AM scheme, where the
switch conductance is proportional to the AM code. The
AM–AM response is very similar to the illustrative curve
shown in Fig. 5(c) with RL = 10. For a desired transmitter
complex output, the measured AM–AM table is consulted to
select the proper AM code corresponding to an approximated
output magnitude, while the AM–PM distortion associated
with the selected AM code will be compensated later by
the PM.

Fig. 26 shows the measured phase response of the PM.
In this measurement, the PM code is swept quasi-statically
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Fig. 27. Measured 64-QAM constellation and Tx performance at the six
testing frequencies 0.6, 1.2, 1.8, 2.4, 3, and 3.6 GHz.

from 0 to 255, while the AM code is set at 255.
Fig. 26(a) and (b) shows the output phase and phase step when
ωLO = 0.6 GHz, with the integrator current set, respectively,
at 300 μA (SEL = 5) and 780 μA (SEL = 13). The phase
responses cover the full 360°, and the phase steps exhibit
repetitive patterns every 90° (or 64 PM codes). Larger steps are
found around PM codes of 32, 96, 160, and 224, and smaller
steps are found around PM codes of 0, 64, 128, and 192. These
nonlinear behaviors are expected with the designed PM and
have been explained in Section IV. It can be observed by com-
paring Fig. 26(a) and (b) that the phase response at SEL = 5,
with a maximum phase step of about 2.5° /step, is more linear
than that at SEL = 13. The performance deviation caused
by the integrator setup has also been explained previously in
Section IV. At 3.6 GHz, a higher integrator current should
be used, and the measured phase response with SEL = 13
is shown in Fig. 26(c). The obtained maximum phase step
is also about 2.5° /step. Fig. 26 demonstrates the wideband
capability of the phase interpolator, which is able to work from
0.6 to 3.6 GHz. For a desired complex output, the PM–PM
table is consulted to correct the phase distortion introduced
by the AM and to approximate the required output phase. The
PM–AM effect is very minor and can be neglected.

After characterizing both the amplitude modulator and PMs,
modulation tests, including those for 64 QAM and 20-MHz
WLAN and LTE, were performed at six RF frequencies
with the LB, MB, and HBB packages. The LB, MB, and
HBB packages are responsible for supporting frequencies
of 0.6/1.2 GHz, 1.8/2.4 GHz, and 3/3.6 GHz, respectively. It is
important to note that the transmitter AM–AM, AM–PM, and
PM–PM responses, together with the dc settings, depend on
the operating frequency. Therefore, each operating frequency
has its dedicated AM–AM, AM–PM, PM–PM, and dc setup
tables.

The measured 64-QAM constellations (via a Keysight spec-
trum analyzer and VSA software) at the six frequencies are

Fig. 28. Simulated EVM and noise for an ideal and quantized (by the
all-digital Tx) WLAN signal versus the signal PAPR.

shown in Fig. 27. The modulation symbol rate is 62.5 MS/s,
corresponding to a data rate of 375 Mb/s. The measured
average power, DE and SE, and constellation error vector
magnitude (EVM) are annotated in Fig. 27. Good power,
efficiency, and linearity in terms of EVM are achieved at the
six frequencies. For example, the MB package generates an
output power of 23.3 dBm at 2.4 GHz with a DE of 34% and
an EVM of −33 dB. The modulation output power is lower
than the peak power due to a signal PAPR of 3.7 dB.

To demonstrate a wideband and multistandard Tx capa-
bility, the three packages are programmed to output a 20-
MHz WLAN (802.11.g) signal at the six testing frequencies.
The OFDM-based signal has a high PAPR value of 8.7 dB,
which, without further compression, will result in a low
transmitter power and efficiency. Recall that, in inverse Class-
D designs with the output magnitude controlled by the switch
conductance, the transmitter has its DE proportional to the
output voltage. Thus, the transmitter has only 37% of its
peak efficiency when operated with an 8.7-dB power back-
off. To improve both the output power and efficiency, the
ideal WLAN signal is scaled such that some of its output
magnitudes are higher than the maximum transmitter out-
put (AMcode = 255). The signal is then clipped by replacing
the out-of-bounds magnitudes with the maximum transmitter
output. Scaling and clipping the signal causes its PAPR to
decrease at the expense of increased signal distortion, degraded
EVM, and a higher out-of-band noise floor. Fig. 28 shows
the simulated EVM and noise (at an 80-MHz offset) of a
WLAN signal versus the degree of signal scaling/clipping in
terms of PAPR. The simulated EVM and noise of the signal,
as approximated by the quantized outputs of the amplitude
modulator and PMs, are also shown. The AM–AM, AM–
PM, and PM–PM tables measured at 2.4 GHz are used in
the simulation. Following the approximation, the simulated
noise degrades roughly 15 dB to approximately −120 dBc/Hz.
The noise is dominated by the quantization noise of the all-
digital transmitter and does not increase with PAPR, unlike
the original signal. On the other hand, the transmitter output
resolution is sufficient to approximate the original signal with
little EVM degradation if the original signal has an EVM
higher than −40 dB. To achieve a good output power and
efficiency, with the EVM still satisfying the specification of
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Fig. 29. Measured WLAN performance (power, DE/SE, EVM) at 2.4 GHz
and other frequencies (i.e., 0.6, 1.2, 1.8, 3, and 3.6 GHz).

Fig. 30. Measured WLAN spectrum and demodulated 64-QAM constellation
at 2.4 GHz (MB).

−25 dB with sufficient margin, the transmitter is programmed
to approximate a WLAN signal with a PAPR of 6.2 dB.

Finally, the measured output power, DE/SE, and EVM of
the three packages (LB, MB, and HBB) at the six frequencies
are shown in Fig. 29. At the standard frequency of 2.4 GHz,
the transmitter achieves a high output power of 20.7 dBm
with an EVM better than −30 dB. The DE and SE are,
respectively, 25% and 21%. If the transmitter is centered
alternatively at 1.8/3 GHz, similar output power and efficiency
can be obtained, while the EVMs still meet specification. The
measured output spectrum at 2.4 GHz and the demodulated
64-QAM constellation from the OFDM subcarriers are shown
in Fig. 30. The spectrum meets the required mask, but the
noise level is high, at −118 dBc/Hz with an 80-MHz offset.
The noise level are about 15 dB higher than that of the state-
of-the-art noise-filtering all-digital Tx [9], which employs a
higher symbol rate of 1 GS/s and mixed-signal filtering.

The 20-MHz 64-QAM LTE uplink signal is used for the
third modulation test. Similarly, the LTE baseband signal has a
high PAPR of 8.9 dB and must be scaled and clipped to support
good output power and efficiency. Although the LTE single-
carrier frequency-division multiple access technique allows
using a lower PAPR than the WLAN OFDM, excessively
scaling/clipping the signal can still result in a violation of lin-
earity and ACLR requirements. Fig. 31(a) shows the simulated
EVM and spectrum noise of the original LTE signal versus the

Fig. 31. Simulated (a) EVM noise and (b) ACLR for an ideal and
quantized 20-MHz LTE signal versus the signal PAPR.

Fig. 32. Measured 20-MHz LTE power, DE/SE, ACLR, and EVM at the
six testing frequencies from 0.6 to 3.6 GHz.

signal PAPR. The counterpart EVM/noise at the Tx output is
also plotted, again using the measured AM–AM, AM–PM, and
PM–PM tables at 2.4 GHz. To achieve an EVM of −30 dB,
the signal PAPR can be as low as 4 dB, and the dominant
quantization noise is at approximately −117 dBc/Hz. Regu-
lations on adjacent channel leakage power ratio (ACLR) also
require attention and are simulated versus the signal PAPR,
before and after the transmitter quantization. The results are
shown in Fig. 31(b). To achieve an ACLR1 lower than −30 dB
and ACLR2 lower than −36 dB with sufficient margin, the
transmitter being measured is programmed to output an LTE
signal with a PAPR of 4.1 dB.
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Fig. 33. Measured LTE spectrum and demodulated 64-QAM constellation at (a) 1.2 GHz (LB), (b) 2.4 GHz (MB), and (c) 3.6 GHz (HBB).

TABLE I

REPORTED CMOS CW PERFORMANCES WITH PEAK POWER >26 dBm (ORDERED BY OPERATING FREQUENCY)

The measured Tx output power, DE and SE, EVM, and
ACLR1,2 on both sides of the RF carrier are summarized
in Fig. 32. For all the six test frequencies, the output power is
higher than 20 dBm with a DE above 25% and SE above 20%.
The measured EVM and ACLRs meet specification. Among
the six testing frequencies, the MB package at 1.8 GHz
achieves a high output power of 24 dBm with an excellent
SE of 30%. The measured spectra and the demodulated
64-QAM constellations at three testing frequencies, 1.2, 2.4,
and 3.6 GHz, are shown in Fig. 33. The spectra meet the ACLR
specifications with substantial margin, and the output noises
are approximately −115 dBc/Hz at an 80-MHz frequency
offset for all the tested frequencies.

Table I compares the CW performance of this work
to reported CMOS Txs/PAs with peak power higher
than 26 dBm. To provide a fair comparison, one must be
reminded that the works employing discrete baluns or tested
with GSSG probes will suffer some degradation in power
and efficiency (e.g., 1 dB) if an on-chip or on-package

balun is realized and the associated loss is included. Using
a moderate supply voltage of 2.5 V, the achieved peak power
of the work is among the highest, and the achieved SE is
arguably the best, considering that the power consumptions
of all components in the all-digital transmitter have been
accounted for. Table II compares the WLAN performance
of this work to state-of-the-art Txs/PAs with output power
higher than 17 dBm. With the balun loss included, both
the achieved power (20.7 dBm) and SE (>21%) are also
excellent. Finally, the reported CMOS LTE Txs/PAs with
output power higher than 20 dBm are summarized in Table III.
The prevailing technique is the envelop tracking (ET) with
off-chip buck convertor [20]–[22]. Unlike an all-digital Tx,
the input signal of an ET amplifier is already a scaled version
of the output RF signal as conventional linear PAs. As can be
seen, the 24-dBm output power and 30% SE achieved by this
all-digital Tx are comparable to that achieved by the state-
of-the-art ET amplifiers transmitting 10-MHz and 20-MHz
LTE bandwidth.
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TABLE II

REPORTED 20-MHz WLAN CMOS TRANSMITTERS WITH POWER >17 dBm

TABLE III

REPORTED 10/20-MHz LTE CMOS TRANSMITTERS WITH POWER >20 dBm (ORDERED BY OPERATING FREQUENCY)

VII. CONCLUSION

This work demonstrates a frequency-reconfigurable CMOS
all-digital transmitter with integrated phase and amplitude
paths. The same CMOS chip is flip-chip connected to three
PCB HDI interposers targeting three coarse frequency bands.
The combined operating bandwidth of the three packages
covers a wide range from 0.7 to 3.5 GHz, where a CW power
higher than 25.5 dBm and DE above 40% can be achieved.
The three packages have their peak power higher than 28 dBm
and peak DE of 60%. The three packages have been tested
with digital modulation schemes, including 64 QAM, 802.11.g
WLAN, and 20-MHz LTE, at frequencies from 0.6 to 3.6 GHz,
verifying the design’s ability to support universal stan-
dards adaptation and frequency reconfiguration. Compared
to reported designs, the transmitter exhibits excellent out-
put power and efficiency, and features an all-digital input
interface.

APPENDIX

A. Introduction on the Tx Periphery Circuits

The schematics of the transmitter periphery circuits, includ-
ing the receivers for the sinusoidal LO and clocks and the
2.5-Gb/s LVDS receivers, are illustrated in Fig. 34. With the

two strong-arm comparators, the LVDS receiver is able to
exploit both the rising and falling edges of the 1.25-GHz
LVDS Rx clock. The comparators alternatingly output their
bit decisions, which are then held and retimed by the sub-
sequent latch and flip-flops. They are then presented to two
1-to-5 deserializers on the falling edge of the 1.25-GHz
clock. The two deserializers are serial registers that take
in input data at the rising edge of the 1.25-GHz clock
and output 10 b in parallel at the rising edge of the
250-MHz DeSer clock. The same receiver topology is used
for both the LO and the LVDS Rx and DeSer clocks. The
receiver is based on the CML–CMOS converter, composed
of a two-stage differential amplifier followed by self-biased
inverter chains. The common-mode rejection provided by the
differential amplifier is critical to reject coupling from the
transmitter output into the clock receivers through ground
bounce.

B. Transmitter Performance to Various Mismatch Effects

Mismatch effects occurring in the inverse class-D cells,
PM bias currents, and the delays of the AM and PM paths
all have influence on the Tx performance. First, mismatch can
cause the 19 parallel-connected inverse class-D cells to deviate
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Fig. 34. Schematics for the LO and (LVDS Rx and DeSer) clock receivers and the LVDS data receiver (for the AM and PM streams).

Fig. 35. Mismatch study (a) Tx output magnitude and (b) magnitude step versus the AM code. (c) Tx performance (with an ideal PM).

from their nominal size and lead to reduce RF-DAC accuracy.
Notice that even without mismatch, the output voltage to the
AMcode response, illustrated in Fig. 5(c), is not linear and
requires digital predistortion to approximate the output mag-
nitude. Therefore, the mismatch in the parallel-cell sizes can
be partially corrected by the predistortion. The output voltages
to the AMcode are simulated (at 1.8 GHz) and shown in
Fig. 35(a) for the nominal case and three mismatch scenarios,
where a substantial 50% size increase occurs to the fourth
cell A〈3〉, the eighth cell A〈7〉, and the twelfth cell A〈11〉.
The corresponding voltage steps are shown in Fig. 35(b), and
the simulated Tx performances are summarized in Fig. 35(c).
An infinite-resolution PM is used in the simulation. Without
mismatch, the A〈3〉 cell has a relative size of 8 and A〈7〉
and A〈11〉 have relative sizes of 16. The A〈11〉 cell is turned
ON when AMcode > 127 and affects the performance very
little because the voltage step is very small there. The A〈7〉
mismatch causes an output voltage gap between 0.66 and
0.7 V, and the (quantization) noise floor increases noticeably,
while the in-band performance degrades little. The mismatched
A〈3〉 cell is turned ON when Mod(AMcode, 16) > 7, and the
AM response no longer increases monotonically in this case.

Although the predistortion can exploit all the available output
magnitudes, the noise floor goes higher due to the multiple
voltage gaps that cannot be approximated accurately. In gen-
eral, voltage gaps at lower magnitudes are less tolerable since
the modulated signals have a high PAPR. In the layout,
the outer thermometer cells are guarded by dummy cells, and
one thermometer cell is rerouted to realize the four binary
cells (A〈0〉 to A〈3〉).

Second, the current mismatch between the two mixer bias
currents in the PM distorts the phase response. This distortion
can be corrected to some extent, together with the original
nonlinear phase response (see Fig. 10), by the predistortion.
For several mismatch scenarios, Fig. 36(a) shows the simulated
mixer fundamental output Vmixer in the third quadrant, where
64 of the 256 PM codes are swept (frequency = 1.8 GHz,
SEL = 10). It can be observed that increasing/decreasing the
bias current of the in-phase mixer stretches/compresses the
in-phase component of Vmixer. Since the two bias currents are
directed alternatively to the mixer outputs, no dc mismatch
is induced by the current mismatch. The corresponding phase
steps of Vmixer and Dout (at the CML–CMOS converter output)
are simulated and shown in Fig. 36(b), and the resulting
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Fig. 36. Mismatch study (a) mixer output voltage and (b) phase step versus the PM code. (c) Tx performance (with an ideal amplitude modulator).

Fig. 37. (a) WLAN and (b) LTE perforamce degradation due to the delay mismatch between the amplitude and the phase path.

Tx performances are summarized in Fig. 36(c). An amplitude
modulator with infinite resolution is used in the simulation.
The mismatches degrade the performance very little. The
third mismatch scenario (case 3) increases one mixer load
resistance from 400 to 600 �. In this case, a 100-mV
dc voltage offset is created at the mixer output, which can be
suppressed by the CML–CMOS converter. The mixer output
voltage is amplified in this case and introduces little phase
distortion.

Finally, the WLAN and LTE EVM and out-of-band noise
for a polar transmitter are simulated and shown in Fig. 37. The
WLAN results are close to that reported in [9]. As introduced
previously, the designed 8-b modulators and the signal clipping
(for a lower PAPR) degrade the signal integrity, so a substantial
delay mismatch of 1 ns can be tolerated without any noticeable
performance degradation. In this design, the on-chip amplitude
and phase paths have a delay mismatch lower than 100 ps. The
settling time at the mixer output is about 50 ps, and the delay
introduced by the CML–CMOS converter and the following
buffers is about 60 ps before the AND gates that combine
the AM path and the PM path (see Fig. 2). This delay is
compensated partially by the buffer chains in the AM path
before the AND gates.
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